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6.1 INTRODUCTION

This chapter is focused on advanced topics not covered in the previous chapters,
namely, magnetoinductive-wave (MIW) and electroinductive-wave (EIW) delay
lines, differential transmission lines with common-mode suppression, wideband arti-
ficial transmission lines (including CRLH lines based on the lattice network unit cell
and active—non-Foster—transmission lines), and substrate-integrated waveguides
(SIWs). Rather than an in-depth treatment of each of these lines (all of them can
be the subject of an intensive analysis), the aim of the chapter is to briefly analyze
the main properties of such lines, their advantages, and some applications.

6.2 MAGNETOINDUCTIVE-WAVE AND ELECTROINDUCTIVE-
WAVE DELAY LINES

MIW and EIW delay lines are waveguiding structures consisting of chains of coupled
resonant elements that typically exhibit very small phase and group velocities. These
lines can be an alternative to surface acoustic waves or ferrite-based lines as delay lines,
as long as slow wave factors as high as ¢/v, ~ 100 can be achieved. Although this value
is not comparable to those achievable in surface acoustic or ferrite delay lines, the main
advantage of MIW and EIW lines is their simple design/fabrication process, since these
lines can be implemented in standard printed circuit boards (PCBs). Moreover, due to
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the scalability of planar circuits, MIW and EIW lines can be designed to be operative
over a very wide frequency band of the microwave spectrum.

6.2.1 Dispersion Characteristics

The properties and dispersion characteristics of waves in magnetically coupled capa-
citively loaded loops were first studied by the group of Prof. Solymar in 2002 [1, 2].
Following these pioneering works, the same group published several papers on the
topic of MIWs devoted to experimentally verify the dispersion characteristics [3],
to highlight some potential applications (i.e., dividers and couplers) [4], and to study
the interaction between MIWs and electromagnetic (EM) waves [5]. In 2004, it was
demonstrated that MIWs can be supported by a chain of SRRs printed on a microwave
substrate [6]. Indeed, MIWSs are expected to be present in whatever periodic structure
where the elements are magnetically coupled.

Without loss of generality, let us consider from now on MIW lines based on SRRs.
Although, MIWs can be supported in one-dimensional chains of axially oriented or
coplanar arranged SRRs (Fig. 6.1), the interest from the point of view of planar
waveguiding structures is in the coplanar configuration. The dispersion relation in
any of the structures of Figure 6.1 can be easily inferred from the circuit model of
the unit cell, depicted in Figure 6.2a. L and C are the inductance and capacitance
of the SRRs and M is the mutual inductance between adjacent SRRs (the first neighbor
approximation is considered). The circuit model of Figure 6.2a can be transformed to
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FIGURE 6.1 One-dimensional chain of inductively coupled SRRs. (a) Axial configuration
and (b) coplanar configuration.
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FIGURE 6.2 (a) Equivalent circuit model (unit cell) of the chain of SRRs of Figure 1, and
(b) transformed model.

the T-circuit shown in Figure 6.2b. Application of expression (2.33) gives the
dispersion relation, which is usually written as follows:

2
—=1% 2|£/[|cos(ﬂl) (6.1)

where

(6.2)

and the + and — sign corresponds to the axial and coplanar configuration, respectively.
The difference arises from the different sign of the mutual inductance for the axial
(positive) and coplanar (negative) configurations. According to (6.1), wave propaga-
tion is backward in the coplanar configuration, whereas it is forward for axially
oriented SRRs. Notice that the limits of the transmission band are given by the
frequencies

e =0 (6.3)

Since the mutual inductance M is typically small as compared to the inductance L of
the SRRs, the transmission band in MIW delay lines is very narrow, and the group
velocity is very small.

By applying duality, it follows that a chain of closely located coupled complemen-
tary split-ring resonators or CSRRs (Fig. 6.3) can support electroinductive waves
(EIWs) [7] (notice however that wave propagation in chains of electrically coupled
resonators was already pointed out in the sixties [8]). In this case, the unit cell can
be described by the circuit model depicted in Figure 6.4, which is indeed the circuit
dual of the circuit model (unit cell) of the MIW delay line. In the model, Cy; is the
mutual capacitance between adjacent CSRRs, L. is the inductance of the CSRR
and the capacitance Cg = C.—2C)y;, C. being the capacitance of an isolated CSRR.
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FIGURE 6.3 One-dimensional chain of electrically coupled CSRRs, acting as an EIW delay line.

20y 20y

FIGURE 6.4 Equivalent circuit model (unit cell) of the chain of CSRRs of Figure 6.3.

In this case, the dispersion relation (under the first neighbor approximation) is found
to be':

w2 2CM
w—g =1- c. cos(pl) (6.4)
where
1 1
Dy = = 65
? \/LC(CG+2CM) \/LcCc ( )
The backward propagation band is delimited by the frequencies given by
o= (6.6)
13 26m
C.

and bandwidth broadens as the electric coupling between adjacent CSRRs increases.
The dual behavior of SRR-based MIW (coplanar configuration) and CSRR-based
EIW lines is apparent by comparing (6.4-6.6) with (6.1-6.3). Notice that the

"In Ref. [7], the dispersion relation of CSRR-based EIW lines is presented in a different form. However,
both expressions are identical. As given earlier, (6.4) is formally identical to (6.1).
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dispersion relations of both lines (considering the coplanar configuration of SRRs)
and bandwidth are identical as long as IMI/L=Cy\/C,, as expected from duality
considerations.

6.2.2 Applications: Delay Lines and Time-Domain Reflectometry-Based
Chipless Tags for RFID

As long as MIW and EIW lines are waveguiding structures, microwave devices such
as couplers, dividers, phase shifters, and so on, based on such lines can be implemen-
ted [3, 4, 9, 10]. However, probably the most relevant advantage of MIW and EIW
lines is the possibility to achieve very high slow-wave factors in conventional fully
planar technology (i.e., PCB technology). These lines are therefore interesting as
delay lines [6], and for applications requiring delay lines with significant group delay.
One of such applications is the implementation of passive chipless tags for radiofre-
quency identification (RFID) based on time-domain reflectrometry (TDR) [1 1].2

The tags are implemented with MIW delay lines comprising a periodic array of
coupled square split-ring resonators (SSRRs) [11]. Tag encoding is achieved by intro-
ducing reflectors (which provide the identification signature) between the elements of
the array. When the tags are interrogated with a pulse in time domain, they produce
replicas at the positions where the reflectors are placed. Thanks to the slow group
velocity of the MIW delay line, the replicas of the original pulse are not overlapped
in time domain and can be demodulated, thus providing the identification code of the
tag. First attempts to implement TDR-based chipless tags made use of left-handed
(LH) lines [12, 13]. Such lines can be designed to exhibit small group velocities,
but it is not possible to achieve slow-wave factors above 10. Thus, MIW-based lines
appear to be a good alternative to LH lines for the implementation of chipless tags
based on delay lines. The sketch of the proposed chipless RFID system is depicted
in Figure 6.5. The printed antenna is used to communicate with the reader. The reflec-
tors are simply strips located within the MIW delay line, as depicted in Figure 6.5.

In order to design the MIW delay lines for the chipless tags, it is necessary to com-
pute the relation between the number of bits that can be stored and the physical para-
meters of the lines. The number of bits that can be stored in a delay line is

Ny = E (67)

T

where At is the total delay of the line working in reflection and 7 is the temporal width
of the pulse sent by the reader. The pulse width depends on the bandwidth of the sys-
tem. In order to compute the total delay introduced by the MIW lines, the group veloc-
ity, given by

2TDR-based chipless RFID tags are an alternative to the RF bar codes considered in Chapter 4. The main
difference is that RF bar codes operate in the frequency domain and require large bandwidths; whereas in
TDR-based chipless tags, the ID code is inferred from the echoes of a pulse in time domain.
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FIGURE 6.5 Sketch of the chipless RFID system proposed in [11]. Reprinted with permission
from Ref. [11]; copyright 2012 IEEE.
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can be approximated by its value at the central operation frequency of the system, @,,.
Thus, the total delay is obtained as

nssrr! _ 2L nssrr (6.9)

Ar=2 =
M| @,

Vg

@,

where ngsrr 1S the number of SSRRs of the MIW delay line. Introducing (6.9) in (6.7),
the number of bits is found to be

ny = 2HSSRR1 _ 2L nssrr (6.10)
Vg |wu1 |M| @WoT

and it increases with the number of SSRRs (as expected). However, it is desirable to
use the smallest possible number of SSRRs, for a certain number of bits, in order to
minimize tag dimensions. Since the central operation frequency and bandwidth are
fixed by design or regulatory constraints, 7 and L are not design parameters.” Thus,
the only variable that can be modified in order to increment the number of bits is the
mutual inductance, M, between the SRRs. This variable can be controlled by the
separation between adjacent resonators. If this separation increases, the mutual induc-
tance is reduced and, thus, the number of bits also increases. However, the distance

3 The central frequency (6.2) is fixed by the inductance, L, and the edge capacitance of the SRRs, C, which is
in turn given by the per-unit-length capacitance, Cy,,. Usually, the per-unit-length capacitance is limited by
fabrication restrictions, and the inductance is the only degree of freedom to adjust the central operation fre-
quency, fo. Thus, the inductance of the SRRs is fixed once these elements are designed to resonate at the
central operation frequency.
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between adjacent SSRRs is limited by three main reasons. First of all, the length of the
delay line increases with the inter-SSRR distance, which is contrary to tag miniatur-
ization. The second reason is that if the separation between SSRRs increases, the MIW
bandwidth is reduced (see expression 6.3). The final one is due to propagation losses,
which increase with the distance between adjacent resonators since they are intimately
related to the coupling between resonators. In conclusion, a trade-off between the
number of bits, line length, bandwidth, and losses, by choosing the appropriate line
period, [, is necessary.

Figure 6.6 depicts the 2-bit chipless tags designed in Ref. [11] according to the
aforementioned considerations. The distance between adjacent SRR is /=3.75 mm
since this represents a good trade-off between delay (16 ns), losses (5.6 dB), band-
width (5.13%), and the total length of the line. The central frequency was chosen
at f, =2.45 GHz (ISM band), and SSRRs dimensions are given in Figure 6.7. Notice
that the number of bits (n, =2) is the value that results from (6.7) by considering a

M2 reflector

FIGURE 6.6 Photograph of the set of 2-bit chipless tags (the antenna is not included).
Reprinted with permission from Ref. [11]; copyright 2012 IEEE.
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FIGURE 6.7 Geometry of the SSRR and relevant dimensions (d; =9.6 mm, &; =2.6 mm,
and s =w=0.20 mm). The substrate is the Rogers RO3010 with dielectric constant ¢, =10.2
and thickness & = 635 pm). Reprinted with permission from Ref. [11]; copyright 2012 IEEE.
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pulse width of 7= 15 ns (see Ref. [11] for more details). To avoid reflections at the end
of the MIW line, which is necessary when the second bit is “0,” a microstrip line ended
with a matched load was coupled at the end of the MIW delay line. As mentioned
earlier, the proposed approach to produce reflections consists of using open-ended
50-Q microstrip lines placed between the SSRRs. For the case of the 2-bit tags,
the first bit reflector is placed in the middle of the MIW delay line (between the third
and fourth SSRRs in this implementation) and the second bit reflector is placed at the
end of the line. When a total reflection is needed, the line acting as reflector must have
alength of A/2 at f. This is the situation when no more partial reflections are used (e.g.,
at the end of the line). In this case, the 4/2 lines provide a p = —1 reflection coefficient
in the delay line, since the distance between the open ends and the center of the line is
A4. If only a partial reflection is needed, the length of the reflector is made smaller,
and only part of the signal is reflected back to the source. The transmitted signal may
thus impinge on the additional reflectors if they are present.

Figure 6.8 shows the proposed setup to characterize the chipless tags and obtain
their temporal responses. In this scheme, the generator sends a modulated Gaussian
pulse at the central frequency of the system (fy = 2.45 GHz). After that, the modulated
signal is transferred to the chipless tag and its response is obtained through the circu-
lator. The output of the system is the envelope of the signal reflected back by the tag.
The four tags were simulated by means of Agilent ADS Momentum and their temporal
responses were obtained using the proposed setup in a transient simulation of Agilent
ADS. Figure 6.9a shows the temporal response of the four tags. There are pulses at
three different times. In all cases, an initial pulse is observed. This is due to certain
mismatch at the tag input, so that part of the input signal is reflected back to the envel-
ope detector without being transmitted to the tags. The second group of pulses is
obtained after 16 ns approximately, which corresponds to the first identification
bit. Finally, the third group of pulses is observed after 32 ns which is the total delay
introduced by the MIW delay lines. These pulses correspond to the second bit. Con-
sidering —15 dB as the decision threshold, the four different possible codes (“00”,
“017, “10,” and “11”) are obtained.

The four fabricated tags were measured by means of a network analyzer. Then,
their temporal responses were obtained through the Agilent ADS scheme proposed

A

Gaussian
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Chipless
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— Output

o0
il
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FIGURE 6.8 Setup to obtain the temporal response of the chipless tags. Reprinted with
permission from Ref. [11]; copyright 2012 IEEE.
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FIGURE 6.9 Temporal response of the tags. (a) Response inferred from simulation and
(b) response inferred from the fabricated tags. Reprinted with permission from Ref. [11];
copyright 2012 IEEE.

in Figure 6.8 (see Fig. 6.9b). The output signals present a similar shape, although the
insertion losses in the prototypes are higher than those predicted by the simulator.
Hence, the detected power corresponding to the second bit is smaller because the
propagation path is twice that of the first-bit path. Nevertheless, the groups of pulses
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corresponding to the first and second bits can be clearly identified at 16 ns and 32 ns,
respectively. In this case, the decision threshold has been reduced to —19 dB. Consid-
ering this threshold, the four tags can be identified properly.

As compared to RF bar codes (see Subsection 4.3.2.3), TDR chipless tags based on
MIW delay lines occupy much less bandwidth. However, very long delay lines are
necessary to store a large amount of information, since the number of bits in TDR-
based tags is proportional to the delay time.

6.3 BALANCED TRANSMISSION LINES WITH COMMON-MODE
SUPPRESSION

Balanced (or differential) lines are of interest as interconnecting lines in high-speed
digital and analog circuits due to their high immunity to environmental noise,
electromagnetic interference (EMI), and crosstalk. However, in practical balanced
systems, the presence of some level of common-mode noise is unavoidable. There-
fore, the design of balanced lines able to suppress the common mode over a wide
band, keeping the differential signals unaltered, has been a subject of interest in recent
years. In this section, some strategies for common-mode noise rejection, with special
emphasis on microstrip differential lines loaded with CSRRs are reviewed. A method
for the design of common-mode filters based on CSRRs is proposed and used for the
improvement of common-mode noise rejection in a differential bandpass filter.
Finally, some examples of differential filters with inherent common-mode noise
rejection are presented.

6.3.1 Strategies for Common-Mode Suppression

Several strategies to efficiently suppress the common mode while keeping the integrity
of the differential signals in differential transmission lines have been reported [14-20].
The key idea to selectively suppress the common mode in the microwave domain is to
load (or perturb) the differential line with elements acting as an efficient stopband filter
for the common mode and, simultaneously, as an all-pass structure for the differential-
mode in the frequency region of interest. According to Subsection 4.3.2, a transmission
line loaded with a symmetric resonator with its symmetry plane aligned to that of the
line is able to inhibit signal propagation (in the vicinity of resonance) if both symmetry
planes are of the same EM nature. Conversely, if such planes are aligned and are of
different EM nature, the line is transparent. According to the previous words, it follows
that by symmetrically loading a differential microstrip line with symmetric resonators
exhibiting a magnetic wall in its symmetry plane, selective mode suppression can be
achieved. The reason is that the differential line exhibits a magnetic wall in its sym-
metry plane for the even mode, and an electric wall for the odd mode. Therefore, it
is expected that the line loaded with such resonators is transparent for the differential
mode and acts as a stopband filter for the common mode.

The common-mode filters based on low temperature co-fired ceramic (LTCC)
technology reported in Ref. [14] or the negative permeability structures of Ref. [15]
are compact and provide efficient common-mode rejection over wide frequency bands,
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but they are technologically complex since multilayer structures are considered in those
designs. The common-mode suppression approaches reported here are limited to two
types of defect ground structures in microstrip differential lines: dumbbell-shaped
resonators [16] and CSRRs [18]. It is also remarkable the strategy reported in
Ref. [20], where the ground plane is structured with capacitive patches and
meandered inductors that effectively act as shunt-connected series resonators for the
common mode, providing lowpass filtering functionality for that mode, and all-pass
behavior for the differential mode.

6.3.1.1 Differential Lines Loaded with Dumbbell-Shaped Slotted Resonators
Slotted dumbbell resonators symmetrically etched in the ground plane of a microstrip
line can be modeled to a first-order approximation as series-connected parallel reso-
nators [21]. These resonators are thus able to inhibit signal propagation in the vicinity
of resonance. The symmetry plane of the line and resonator are magnetic walls, and
this gives another interpretation to the stopband functionality of these lines, according
to symmetry considerations (see earlier text). However, by symmetrically etching
slotted dumbbell resonators in a differential microstrip line, it is expected that the
common mode is efficiently suppressed, while signal propagation for the differential
mode is preserved. In Ref. [16], the authors claim that the resonant elements open the
return current path through the ground plane for the common mode, whereas the pres-
ence of resonators has small effect on the differential signals since relatively small
current density returns through the ground plane for such signals. Regardless of
the specific interpretation for selective common-mode suppression in differential lines
loaded with slotted dumbbell resonators, such structures behave as efficient common-
mode filters. Figure 6.10 depicts a specific common-mode filter topology and the fre-
quency response. The structure is able to efficiently suppress the common-mode noise
with broad stopband in the GHz range (Fig. 6.10b), yet keeping good signal integrity
performance for the differential signals. In addition, mode conversion from differen-
tial-mode to common-mode, also shown in the figure, is very small.

6.3.1.2 Differential Lines Loaded with CSRRs CSRRs also exhibit a magnetic
wall at their symmetry plane for the fundamental resonance. Therefore by aligning
this symmetry plane with the symmetry plane of the differential microstrip line, com-
mon-mode suppression and preservation of signal integrity for the differential-mode
are also expected. Notice that for the differential mode, there is not a net axial electric
field in the inner metallic region of the CSRR able to excite the resonators, unless
symmetry is truncated. Conversely, for the common mode the electric field below
the transmission lines is co-directional, and the CSRRs are excited by this mode.
AsdiscussedinRefs[18, 19], common-mode suppression bandwidth can be enhanced
by tightly coupling the resonant elements.* Moreover, in order to enhance the rejection
bandwidth (common mode) of an individual resonator, it is necessary to increase the cou-
pling capacitance between the pair of lines and the CSRR, and to decrease the inductance
and capacitance of the CSRR. This was achieved in [ 18] by increasing the rings width and

* Square-shaped or rectangular CSRR geometries favor interresonator coupling.
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FIGURE 6.10 Differential microstrip line with common-mode suppression based on slotted
dumbbell-shaped resonators (a) and frequency response (b). Insertion loss for the differential
and common mode are denoted by S4q and S, respectively; mode conversion is determined
by Scq. Reprinted with permission from Ref. [16]; copyright 2008 IEEE.

separation. Figure 6.1 1a depicts a fabricated differential line loaded with symmetrically
etched, square-shaped and tightly coupled CSRRs. The common-mode and differential-
mode insertion loss are depicted in Figure 6.11b, and reveal that CSRRs are efficient
elements to suppress the common-mode over a wide band, whilst the differential mode
is transmitted in that band. A comparison between the CSRR-based approach and other
approaches (excluding multilayered structures) indicates that the combination of size,
design and fabrication simplicity, and common-mode rejection bandwidth in CSRR-
loaded differential lines is very competitive [18].
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FIGURE 6.11 Photograph (a) and common-mode (IS..>;!) and differential-mode (ISgq21!)
insertion loss (b) of a differential line with wideband common-mode rejection based on
CSRRs. Reprinted with permission from Ref. [18]; copyright 2011 IEEE.

6.3.2 CSRR- and DS-CSRR-Based Differential Lines with Common-Mode
Suppression: Filter Synthesis and Design

As discussed earlier, common-mode filters based on CSRRs provide significant
rejection bandwidths for that mode. Actually, bandwidth requirements are dictated
by the differential signals. Namely, in order to prevent unwanted common-mode noise
in differential lines, it is necessary that the suppressed band for the common mode
extends at least beyond the limits of the required band for differential signal transmis-
sion. Therefore, rather than pursuing a specific rejection bandwidth, common-mode
filters must be typically designed to satisfy a predefined common-mode rejection level
within a certain frequency band.

To design CSRR-based common-mode filters following a systematic design
approach, a circuit model that describes the CSRR-loaded differential line, including
inter-resonator coupling, is necessary. In this regard, two limitations arise. First of all,
the convenient CSRRs to achieve a wide common-mode stopband (with wide slots
and interslot distance) cannot be considered to be electrically small, and hence they
cannot be described by an accurate circuit model over a wide band. Second, the
CSRRs must be oriented with their symmetry plane aligned with the symmetry plane



BALANCED TRANSMISSION LINES WITH COMMON-MODE SUPPRESSION 415

of the differential line. Under these conditions, mixed coupling (electric and magnetic)
may arise, as discussed in Subsection 3.5.2.4, and the circuit model (provided the
CSRRs are electrically small) is even more complex. This second aspect can be
ignored to a first-order approximation, since a very accurate determination of the com-
mon-mode stop bandwidth is not required. Concerning the first aspect, if CSRRs are
used as filtering elements, they must be electrically small in order to be accurately
described by a lumped element equivalent circuit model. However, this is contrary
to bandwidth enhancement. An intermediate solution is the use of DS-CSRRs (which
is derived by application of duality to the DS-SRR introduced in Subsection 3.3.1.3—
see Subsection 3.3.2.1), as pointed out in Ref. [19]. By driving the slot width and
separation to the minimum value allowed by the available technology, DS-CSRRs
can be considered to be electrically small, and the circuit model provides a reasonable
description of the loaded differential lines. Such circuit model (unit cell), valid for
electrically small CSRRs or DS-CSRRs, and neglecting magnetic coupling between
the line and the resonators, is depicted in Figure 6.12a. In this model, the circuit
parameters are identical to those of Figure 3.44b, except L., and C,, that account
for the magnetic and electric coupling, respectively, between the pair of lines.

The lumped-element equivalent circuit model for the even and odd modes are
depicted in Figure 6.12b and c, respectively. For the differential mode, the resulting
circuit model is simply the circuit model of an ordinary line with modified parameters.
The circuit model for the even mode is formally identical to that of CSRR-loaded

(b) (©
Lo/2=L/2+Ly, L/2=L/2+L,, Ly2=L/2-Ly, Ly/2=L/2-L,,

II Co=C+2Cy,

FIGURE 6.12 Lumped-element equivalent circuit model (unit cell) of a differential
microstrip line loaded with CSRRs or DS-CSRRs (a), equivalent circuit model for the even-
mode (b), and equivalent circuit model for the odd-mode (c).
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single-ended microstrip lines with inter-resonator coupling (Fig. 3.44b). Therefore,
the analysis carried out in Subsection 3.5.2 to obtain the dispersion relation in
CSRR-loaded single-ended lines is also valid to obtain the dispersion relation for
the common mode in CSRR- or DS-CSRR-loaded differential lines. In particular,
the common-mode rejection bandwidth for an infinite structure (in practice for a
differential line with a large number of cells) can be estimated if the elements of
the circuit model for the common mode are known.

For common-mode filter design and estimation of the common-mode rejection
bandwidth, the procedure is as follows. For the reasons explained before, relative
to the validity of the models of Figure 6.12 and fabrication tolerances, the slot width
and separation are set to a minimum implementable value with the technology in use
(for instance ¢ = d =200 pm [19]). Notice that this reduces the degrees of freedom and
eases the common-mode filter design. Square-shaped resonators (rather than circular)
are considered, in order to enhance the electric coupling between the differential line
and the resonators and between adjacent resonators as well. To further enhance inter-
resonator coupling, the separation between adjacent resonators is also set to that lim-
iting value (200 pm). In order to achieve a strong electric coupling between the pair of
lines and the resonator, the lines must be fitted inside the CSRR (or DS-CSRR) region
and must be as wide as possible, and hence as uncoupled as possible (line dimensions
can easily be inferred from a transmission line calculator). The side length of the res-
onator is determined from the model of the CSRR reported in Ref. [22] (which gives
an estimation of L. and C,) and the per-unit length capacitance of the coupled lines for
the even mode (which gives C.). The transmission zero frequency, given by

1

T 2/2L.(C.+ C.2)

is adjusted to the required filter central frequency, and this provides the CSRR side
length (for a DS-CSRR the side length can also be determined by taking into account
that the inductance is four times smaller than the inductance of the CSRR). Obviously,
optimization of the resonator side length in order to fit the required central frequency
is necessary.

With the previous procedure, the common-mode filter dimensions are perfectly
determined. To predict the maximum achievable bandwidth, that is, the bandwidth
obtained by considering an infinite number of cells, the dispersion relation given
by (3.96) is used. However, since optimization at the layout level is required, it is nec-
essary to extract the parameters of the circuit model following the procedure reported
in Ref. [23] (and detailed in Appendix G). Thus, L., C., L., and C, are first extracted
by considering a single-cell structure, and then Ck is adjusted to fit the EM simulation
of an order-2 common-mode filter. Once the circuit parameters are known, expression
(3.96) can be evaluated, and the common-mode stopband can be estimated.

Following the previous approach, the maximum achievable rejection bandwidth
for different CSRR and DS-CSRR common-mode filters was obtained. The rejection
bandwidth was also obtained from full-wave EM simulations (the results are depicted
in Fig. 6.13). The extracted circuit parameters and estimated fractional bandwidths are
shown in Table 6.1.

f2

(6.11)
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FIGURE 6.13 Fractional rejection bandwidth (FBW) at —20dB for the common mode
given by EM simulation for CSRR- and DS-CSRR-loaded differential lines. Dimensions are
for the CSRRs and DS-CSRRs, ¢ =d =0.2 mm, and inter-resonator distance = 0.2 mm; for
the CSRRs, side length=7.3 mm (fy=1.5GHz), 4.3mm (fy=3 GHz), and 2.6 mm (fy=
6 GHz); for the DS-CSRRs, side length=13.8 mm (fo=1.5 GHz), 7.5 mm ( fo =3 GHz), and
43 mm (fy=6GHz); for the differential line, 2W+ S = side length —2(2c — d) + 0.4 mm,
exhibiting a 50 Q characteristic impedance (odd mode). The considered substrate is the
Rogers RO3010 with thickness h=1.27 mm, and dielectric constant & =10.2. Reprinted
with permission from Ref. [19]; copyright 2012 IEEE.

TABLE 6.1 Extracted parameters and maximum fractional bandwidth inferred
from the circuit model

Jo(GHz) Le(nH) Ce(pF) L.(nH) C.(pF) Cr(pF) FBW(%)
CSRR-loaded differential lines

1.5 6.3 1.1 2.1 32 0.05 30.7

3 4.2 0.5 1.0 2.0 0.03 26.4

6 3.0 0.2 0.4 1.4 0.04 20.7
DS-CSRR-loaded differential lines

1.5 15.9 1.6 1.0 8.6 0.32 32.6

3 9.0 0.8 0.45 4.8 0.09 294

6 6.9 0.3 0.15 3.6 0.05 23.6

By comparing the fractional bandwidths predicted by the reported approach with
the saturation values of Figure 6.13, it can be concluded that the reported approach is
more accurate for CSRR-loaded lines, as expected. Figure 6.14 compares the circuit
and EM simulation (common mode) of the order 1, 2, and 3 CSRR-based common-
mode filters designed to exhibit a central frequency of 1.5 GHz (in the circuit simu-
lation the inter-resonator capacitance at input and output ports has been left opened
since the CSRRs of the input and output cells are not externally fed, resulting in a
two-port circuit). There is good agreement between the circuit and EM simulation,
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FIGURE 6.14 Common-mode return loss IS, and insertion loss IS, ;| given by the EM and
circuit simulation for the order 1, 2, and 3 common-mode filters (1.5 GHz central frequency)
based on CSRRs. Dimensions and substrate are indicated in the caption of Figure 6.13.
Circuit parameters are given in Table 6.1. Reprinted with permission from Ref. [19];
copyright 2012 IEEE.

pointing out the accuracy of the model for CSRR-loaded lines with narrow slots, c,
and interslot distance, d.

As can be seen in Figure 6.13, six resonators are enough to nearly achieve the max-
imum rejection bandwidth. Obviously, common-mode filter size can be reduced by
decreasing the number of resonators but at the expense of a reduced common-mode
rejection bandwidth. Thus, following a systematic approach based on the circuit
model of the common mode, it can be inferred whether a specified rejection
bandwidth and central frequency can be roughly fulfilled or not. If the required
bandwidth is wider, we are forced to consider resonators with wider slots (¢) and inter-
slot distance (d), or, alternatively, multiple-tuned resonators. In these cases, however,
filter design and maximum bandwidth estimation are not so straightforward.

6.3.3 Applications of CSRR and DS-CSRR-Based Differential Lines

In this subsection, it is demonstrated that the suppression of the even mode in differ-
ential lines loaded with DS-CSRRs does not affect the integrity of the differential sig-
nals. Subsequently, it is shown that by cascading a DS-CSRR to the input and output
port of a balanced bandpass filter, common-mode suppression within the differential
filter pass band can be substantially improved.

6.3.3.1 Differential Line with Common-Mode Suppression In this subsection,
the design procedure of a common-mode filter similar to that reported in Figure 6.11,
but using DS-CSRRs, is reported. The target is to implement a common-mode filter
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roughly centered at 1.35 GHz and exhibiting at least 35% fractional bandwidth (at 20 dB
rejection level). According to the previous methodology, these specifications cannot be
fulfilled by using CSRRs with ¢ = d =200 pm. However, it is possible to achieve these
filter requirements by means of DS-CSRRs. Indeed, the estimated maximum bandwidth
for acommon-mode filter centered at 1.35 GHz was found to be 37.3% (considering the
substrate of Fig. 6.13), but we do expect a larger value since the model tends to slightly
underestimate the maximum achievable bandwidth for DS-CSRR-loaded lines (this can
be appreciated by comparing Table 6.1 and Fig. 6.13). Moreover, for comparison
purposes, arectangular-shaped DS-CSRR was considered with its transverse side length
identical to that of the CSRR reported in Figure 6.11. This favors the electric coupling
between the pair of lines and the DS-CSRRs, and hence the common-mode stopband
expansion (the reason is that the DS-CSRR longitudinal side is longer than the transverse
one, and this increases the coupling capacitance C. as compared to that of a square-
shaped DS-CSRR with identical transmission zero frequency). The longitudinal side
length is thus the single-design parameter, and this has been determined following
the same approach applied to square-shaped particles (the geometrical parameters
of the structure are given in the caption of Fig. 6.15).
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FIGURE 6.15 Photograph (a), differential-mode return loss 1S441/ and insertion loss ISgq21! (b),
and common-mode return loss 1S..11 and insertion loss IS..o;! (c) of the designed differential line
with common-mode suppression based on DS-CSRRs. Dimensions are for the DS-CSRRs, ¢ =
d=0.2mm, longitudinal side length=17.6 mm, and transverse side length=10.8 mm; inter-
resonator distance = 0.2 mm; for the differential line, W= 1 mm, and § =2.5 mm. The considered
substrate is the Rogers RO3010 with thickness 4 = 1.27 mm, dielectric constant &, = 10.2, and loss
tangent tand = 0.0023. Reprinted with permission from Ref. [19]; copyright 2012 IEEE.
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FIGURE 6.16 Measured differential eye diagrams for the differential line of Figure 6.15 with
(a) and without (b) DS-CSRRs. Reprinted with permission from Ref. [19]; copyright 2012 IEEE.

TABLE 6.2 Measured eye parameters

With DS-CSRRs Without DS-CSRRs
Eye height 278 mV 281 mV
Eye width 371 ps 383 ps
Jitter (PP) 29.3 ps 16.9 ps
Eye-opening factor 0.76 0.76

The photograph and frequency responses of the device, an order-3 common-mode
filter, are depicted in Figures 6.15a—c (this filter order was found to be enough to sat-
isfy the bandwidth requirements). As it can be seen, the differential signal is almost
unaltered, whilst the common mode is rejected within a fractional bandwidth (41%)
comparable to that achieved in Figure 6.11 by using CSRRs with wide and widely
spaced rings. The DS-CSRR-based structure is a bit larger than that reported in
Figure 6.11, but the design was done following the systematic procedure explained
in the previous subsection.

Figure 6.16 shows the measured differential eye diagrams with the excitation of
0.2 V amplitude in 2.5 Gb/s for the differential line of Figure 6.15a with and without
DS-CSRRs. The eye diagram quality in terms of eye height, eye width, jitter, and eye-
opening factor is compared for these two structures (see Table 6.2). According to these

5 An eye diagram is an indicator of the quality of signals in high-speed digital transmissions. The eye dia-
gram is constructed from a digital waveform by folding the parts of the waveform corresponding to each
individual bit into a single graph with signal amplitude on the vertical axis and time on horizontal axis. By
repeating this construction over many samples of the waveform, the resultant graph will represent the aver-
age statistics of the signal and will resemble an eye. The parameters indicated in Table 6.2 are defined in
many sources focused on signal integrity. In brief, eye height is a measure of the vertical opening of an eye
diagram, and it is determined by noise, which “closes” the eye. Eye width is a measure of the horizontal
opening of an eye diagram, and it is calculated by measuring the difference between the statistical mean
of the crossing points of the eye. Jitter is the time deviation from the ideal timing of a data-bit event. To
compute jitter, the time deviations of the transitions of the rising and falling edges of an eye diagram at
the crossing point are measured.
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results, the presence of the DS-CSRRs does not significantly degrade the differential
mode. The peak-to-peak jitter varies notably, but it is still within very acceptable limits
for the DS-CSRR-based structure. Moreover, the eye-opening factor, which measures
the ratio of eye height and eye amplitude, is identical in both structures.

6.3.3.2 Differential Bandpass Filter with Enhanced Common-Mode Rejection
Differential bandpass filters with common-mode rejection have been reported in
the literature [24-36]. In this subsection, a balanced filter consisting of a pair of
coupled folded stepped impedance resonators (SIRs) fed by a differential line is
reported. The layout is depicted in Figure 6.17a (other balanced filters based on SIRs
have been reported in Refs [31, 32, 35, 36]). The filter by itself rejects the common
mode due to the symmetry of the structure, since the symmetry plane of the resonator
exhibits an electric wall at the first SIR resonance. Therefore, such resonators cannot
be excited by means of common-mode signals, and the even mode is reflected back to
the source due to the presence of the slots between the pair of SIRs. However, the
rejection level of the common mode in the region of interest is very limited since
it depends on the distance between resonators and such inter-resonator distance is
dictated by filter specifications. However, the common mode can be further rejected
by introducing (cascading) DS-CSRRs.

The proposed differential filter, a second-order Chebyshev bandpass filter with a
central frequency of 1.37 GHz, a fractional bandwidth of 10%, and 0.1 dB ripple was
reported in Ref. [19]. The considered substrate is the Rogers RO3010 with thickness &
=1.27 mm, and dielectric constant ¢, = 10.2. With these specifications and substrate,
the layout of the filter is that depicted in Figure 6.17a (the design of the filter, out of the
scope of this book, was done following the procedure described in Ref. [37]).

The frequency response of the filter (differential mode, Sqq>; and Sgq11) is shown in
Figure 6.17c. The common-mode insertion loss (Sc.»1), also depicted in the figure,
exhibits a rejection level of about 20 dB in the pass band region. In order to enhance
the common-mode rejection, two identical DS-CSRRs, as shown in Figure 6.17b,
were cascaded to the filter. Such DS-CSRRs were designed to generate a stopband
for the common mode in the pass band region of the differential filter and are identical
to those of Figure 6.15. The presence of the DS-CSRRs does not affect the filter
response (odd mode). However, by merely introducing two DS-CSRRs, the
common-mode rejection is roughly increased up to 50 dB in the region of interest
(see Fig. 6.17c). These results point out that DS-CSRRs provide an efficient path
to enhance the common-mode noise rejection in balanced filters.

6.3.4 Balanced Filters with Inherent Common-Mode Suppression

The common-mode suppressed balanced filter reported in the previous sub-
section exhibits inherent common-mode suppression, but the rejection level in the dif-
ferential filter pass band is small; and for this reason, DS-CSRRs have been cascaded
to the filter. In this subsection, balanced filters with a high common-mode rejection
ratio (CMRR) without the need to cascade additional filter stages are reported. This
high CMRR is achieved by introducing transmission zeros for the common mode in
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FIGURE 6.17 Layout (a), photograph (b), and frequency response (c) of the designed
differential bandpass filter with improved common-mode rejection. Dimensions are for the
DS-CSRRs, ¢ =d =0.2 mm, longitudinal side length=17.6 mm, and transverse side length =
10.8 mm; for the differential line, W=1mm, and §=2.5mm; for the differential filter,
Smv=0.5mm, s=2mm, wo=1.2mm, w; =0.7mm, w,=3.7mm, /; =12.8 mm, /,=7.5 mm,
l3=5.4mm, and r=5.5 mm. The considered substrate is the Rogers RO3010 with thickness
h=1.27mm, dielectric constant & =10.2, and loss tangent tand=0.0023. Reprinted with
permission from Ref. [19]; copyright 2012 IEEE.
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the differential filter pass band. By this means, the filter inherently and efficiently sup-
presses the common mode as will be shown in the two reported examples. The first
one [34] combines OSRRs and OCSRRs, and can be considered the balanced version
of the filters reported in Subsection Bandpass Filters Based on CRLH Lines Imple-
mented by Means of OSRRs and OCSRRs. The second one [35] is based on mirrored
SIRs to generate transmission zeros for the common mode.

6.3.4.1 Balanced Bandpass Filters Based on OSRRs and OCSRRs  Single-ended
bandpass filters based on OSRRs and OCSRRs and consisting of a cascade of series-
connected OSRRs alternating with shunt-connected OCSRRs were studied in
Subsection 4.2.3.6. Since the OSRR and the OCSRR are described (to a first-order
approximation) by means of a series and a parallel resonant tank, respectively, it
follows that such structures synthesize the canonical circuit model of a bandpass filter.
As it is discussed in [38], in microstrip technology, it is necessary to include metallic
vias in the design in order to effectively ground the OCSRRs, and the ground plane is
windowed in the regions beneath the OSRRs in order to obtain a more accurate
description of the particle by means of a series resonator.

A typical layout (order 3) of the proposed OSRR/OCSRR-based differential band-
pass filters is depicted in Figure 6.18. Notice that this structure is indeed the unit cell
(r-model) of a balanced CRLH line. The structure is symmetric with respect to the
indicated plane (dashed line). For the differential mode, where there is a virtual ground
in that plane (electric wall), the OCSRRs are grounded (without the presence of vias),
and the structure exhibits a pass band. If the distance between the host lines is large, no
coupling effects take place between mirror elements and filter design is as simple as
designing a single-ended bandpass filter.

The proposed strategy to suppress the common mode in the region of interest
(i.e., the differential filter pass band) consists of tailoring the metallic region surrounding
the OCSRRs. The lumped element equivalent circuit model of the four-port section
corresponding to one pair of mirrored OCSRRs is depicted in Figure 6.19a [34].

—Lw—s

P2

E-wall

P2’

« L »

FIGURE 6.18 Typical layout of the proposed OSRR/OCSRR-based differential-mode
bandpass filter (n-network, order-3) with common-mode suppression.
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FIGURE 6.19 Equivalent circuit model of the mirrored OCSRR pair section. (a) complete
model, (b) differential-mode model, and (¢c) common-mode model.

L, and C, model the OCSRR, L accounts for the inductive strip present between the
microstrip lines and the center part of the OCSRRs, C; is the capacitance between
the central metallic region of the OCSRR and the ground plane; finally, C, is the patch
capacitance corresponding to the metallic region surrounding the OCSRRs. The models
for the differential and common-modes are depicted in Figures 6.19b and c, respectively.
Notice that the capacitance C, is grounded for the differential-mode and does not play any
role for that mode. Thus, for this mode, the shunt OCSRR is described by a parallel res-
onator in series with an inductor (this inductor is useful to introduce a transmission zero
above the differential filter pass band). However, for the common mode, the symmetry
plane is an open circuit, and the effect of the capacitance C, is the presence of two trans-
mission zeroes in the common-mode frequency response. Once the elements L, L, C,,
and C are set to satisfy the differential-mode filter response (including the transmission
zero above the pass band), C, must be adjusted to set the first transmission zero of the
common-mode frequency response in the centre of the differential-mode pass band.

The reported example is a balanced filter with the following specifications [34]:
order n =3, Chebyshev response with fractional bandwidth FBW =45%, central fre-
quency f, = 1 GHz, and 0.05 dB ripple. From these specifications, the elements of the
canonical m-network order-3 bandpass filter can be obtained through well-known
transformations from the lowpass filter prototype. Once these elements are known,
the topology of the series-connected OSRRs is obtained by curve fitting the response
of the series LC resonator giving the ideal Chebyshev response in the region of inter-
est. For the OCSRRs, the elements of the model of Figure 6.19b (L, L,, and C=C, +
C,) are derived from the susceptance slope at f (i.e., by forcing it to be equal to that of
the LC tank giving the ideal Chebyshev response), and from the differential-mode
transmission zero, given by

1111
dd

L A 12
Z = C(L+Lp) (6.12)

The parasitic capacitances of the 1-model of the OSRR (which can be easily extracted
from the EM simulation of the isolated particle) are small and have negligible effect
on the differential filter response. Once L, L,, and C are known, the OCSRRs are
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synthesized with the help of the model reported in Ref. [39] (analyzed in Subsections
3.3.2.2 and 3.5.2.5) and the parameter extraction procedure reported in Appendix G.
From this model, the OCSRR capacitance, C,, can be estimated and hence C; can be
derived. Finally, C; is adjusted to the required value to force the common-mode trans-
mission zero at f,. The metallic region surrounding the OCSRREs is then expanded or
contracted to adjust the common-mode transmission zero to that value (the initial size
is inferred from the parallel plate capacitor formula). Following this procedure, the
element values and the layout of the shunt branch were inferred.

The photograph of the designed and fabricated filter is shown in Figure 6.20a
(dimensions are 0.1544 x 0.30,, 4, being the guided wavelength at the filter central
frequency). Figure 6.20b shows the simulated and measured insertion and return
loss for the differential mode, as well as the insertion loss for the common mode.
The circuit simulations for the differential- and common-mode models are also
included in the figure. Both the differential- and common-mode filter responses are
in good agreement with the circuit simulations up to roughly 2 GHz. The agreement
with the Chebyshev response is also good, although the selectivity and stop-band
rejection above the pass band of the designed balanced filter are better due to the
effects of the transmission zero (the first spurious appears at roughly 3f,). As
expected, there is a transmission zero at f;, for the common mode (the CMRR at f;,
being 53 dB), and the common-mode rejection within the differential filter pass band
is better than 20 dB. The combination of filter size and common-mode rejection is
very competitive, and this type of filters is especially suitable for wideband applica-
tions in differential systems.

6.3.4.2 Balanced Bandpass Filters Based on Mirrored SIRs An alternative
approach to implement differential-mode bandpass filters with inherent common-
mode suppression consists on using mirrored SIRs coupled through admittance inver-
ters. The typical topology (order-3) for these filters is depicted in Figure 6.21, where
the impedance inverters are implemented by means of 90° meandered lines for size
reduction. The equivalent circuit model of the structure is depicted in Figure 6.22a,
where J;;,; denotes the admittance of the inverters, Cp; are the patch capacitances
of the square transmission line sections cascaded to the inverters, Ly; are the induc-
tances of the narrow strips of the mirrored SIRs, and finally, C,; are the capacitances
of the central patches. The circuit models for the differential and common modes are
depicted in Figures 6.22b and c. For the differential mode, the symmetry plane is an
electric wall, and the capacitances C,; are grounded. The resulting structure is thus the
canonical circuit of a bandpass filter, consisting of a cascade of parallel LC resonators
coupled through admittance inverters. For the common mode, the symmetry plane is a
magnetic wall, and the equivalent circuit exhibits a stopband behavior. Indeed,
except for the presence of the capacitances Cp;, such circuit is the canonical circuit
of a stopband filter. As long as the inverters exhibit their functionality in a narrow
(or moderate) band, the synthesis of balanced filters with standard responses
(Chebyshev or Butterworth) following this approach is bandwidth limited. Neverthe-
less, it is possible to generate balanced filters with significant bandwidths, as reported
in the next example.
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FIGURE 6.20 Photograph (a) and frequency response (b) of the fabricated balanced OSRR/
OCSRR-based bandpass filter. The considered substrate is the Rogers RO3010 with dielectric
constant &, = 10.2 and thickness /4 =0.254 mm. Dimensions (in reference to Fig. 6.18) are L=
18.9 mm, W=37.8 mm, Lw = 12.6 mm, and Ly; =6 mm. For the OCSRR, 7 =2.7 mm, ¢ =
0.2mm, and d=1.2 mm. For the OSRR, 7. =5.8 mm, ¢=0.2 mm, and d=0.55 mm. The
50 © microstrip lines have a width of 0.21 mm. For the n-model of the OSRR (Fig. 3.56e),
the elements of the series LC tank are 22.28nH and 1.22pF, the values of the shunt
capacitors are 1.35 pF (left) and 0.74 pF (right) and L,,,; and L, have negligible values. The
elements of the shunt branch are L=0.628 nH, L,=3.675nH, C,=0.1pF, C;=6.85 pF, and
C, =5.65 pF. Reprinted with permission from Ref. [34]; copyright 2013 IEEE.

Let us consider the implementation of an order-3 balanced common-mode
suppressed Chebyshev bandpass filter with central frequency f, = 2.4 GHz, 0.15 dB
ripple, and fractional bandwidth FBW =40% [35]. Identical LC parallel resonators
(those of the differential-mode circuit, L, and Cp) and admittance inverters with
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FIGURE 6.21 Typical layout (order-3) of a differential-mode bandpass filter with common-
mode suppression based on mirrored SIRs and admittance inverters.
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FIGURE 6.22 Circuit model of the balanced bandpass filter of Figure 6.21 (a), and equivalent
circuits for the differential (b) and common (c) modes.
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variable admittance have been considered. By applying the well-known transforma-
tions from the lowpass filter prototype [37], the element values are found to be L, =
1.465 nH and C, =3 pF, and the admittances of the inverters are Jy; = J34 =0.0178S
and Jy, =J,3=0.0157 S. For the suppression of the common mode, the transmission
zeros, given by the resonances of the series resonators Ly; — C,;, were forced to be
identical and equal to the central frequency of the differential-mode response, f,. Since
the inductances L, are determined by the differential-mode filter specifications, it fol-
lows that C, =2.925 pF.

To implement this filter, the widths of the transmission line sections correspond-
ing to the calculated admittances of the inverters were obtained by means of a trans-
mission line calculator (the considered substrate is the Rogers RO3010, with
thickness #=0.635 mm and dielectric constant &.=10.2). Patch dimensions of the
capacitances C, were calculated from the well-known formula giving the capacitance
of an electrically short low-impedance transmission line section (see Chapter 1).
Finally, the dimensions of the pair of grounded resonators L,— C, implemented
through mirrored SIRs were calculated in order to accurately synthesize the required
elements values up to at least 2f;, according to the procedure reported in Ref. [40].
The photograph of the fabricated device is shown in Figure 6.23a. Total filter size is
26.49 mm x 32.78 mm, that is, 0.514, x 0.634,, 4, being the guided wavelength at f,.
The simulated (using the Agilent Momentum commercial software) and measured
frequency responses of the filter for the differential- and common-mode are depicted
in Figure 6.23b, together with the circuit simulations and the ideal Chebyshev
response. The agreement between circuit simulation, EM simulation, and measure-
ment is very good, and validates the circuit model and the proposed methodology for
common-mode suppressed balanced filter design. The measured differential insertion
loss is better than 0.5 dB, the maximum differential return losses are 28 dB in the
pass band, and the differential stopband exhibits a rejection better than 12 dB up
to 2f,. The measured common-mode rejection within the differential filter pass band
is better than 45 dB and the CMRR at f;, is better than 60 dB. Although the filter of
Figure 6.23 is electrically larger than the one of Figure 6.20, one key advantage of
balanced filters based on the topology of Figure 6.21 is the absence of defects in the
ground plane.

It is worth mentioning that by replacing the impedance inverters in the structure of
Figure 6.21 with series resonant elements (e.g., implemented by inductive strips and
interdigital capacitors), a compact balanced CRLH line with intrinsic common-mode
suppression results.® Such balanced artificial lines have been applied to the design
of dual-band balanced power splitters [41] and ultra wideband (UWB) bandpass
filters [42].

6lndeed, the structure of Figure 6.21 cannot be considered to be an artificial transmission line. However,
it is included here since by merely replacing the inverters with LC series resonators, a differential CRLH
structure results.
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FIGURE 6.23 Photograph (a) and frequency response (b) of the designed order-3 balanced
bandpass filter. Dimensions (in reference to Fig. 6.21) are W = 26.49 mm, L = 32.78 mm, w =4 mm,
[=4.475 mm, g=0.2mm, /i =1.32 mm, Ic =9.6 mm, wc =3.4 mm, w; =0.434 mm, and w, =
0.297 mm. Reprinted with permission from Ref. [35]; copyright 2013 IEEE.

6.4 WIDEBAND ARTIFICIAL TRANSMISSION LINES

The CRLH and the generalized CRLH transmission lines studied in Chapter 3 support
wave propagation in a limited frequency band. In this section, two strategies to widen
the propagation band in artificial transmission lines are reviewed. The first one is
based on the lattice network and other related unit cell topologies. The second one
uses active elements in order to implement non-Foster reactances.

6.4.1 Lattice Network Transmission Lines

In this subsection, the dispersion and characteristic impedance of the generalized
lattice network are derived. It is shown that all-pass CRLH transmission lines with
arbitrary order can potentially be synthesized with these structures [43]. However,
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FIGURE 6.24 Lattice-network unit cell (a) and its equivalent T-circuit model (b).

the implementation of such artificial lines is not so straightforward. Practical imple-
mentation limitations are discussed, and some prototypes of lattice network CRLH
lines are presented in this section. Finally, other networks related to the lattice net-
work, such as the bridged-T network, are introduced as a more practical approach
for the implementation of broadband CRLH transmission lines.

6.4.1.1 Lattice Network Analysis The artificial transmission lines considered in
Chapter 3 are described either by a cascade of T or = unit cells. Let us now consider
an X-type unit cell like the one shown in Figure 6.24a, that is, a lattice network [44],7
with impedance Z in the series branches and Zj, in the cross diagonal arms. By cal-
culating the elements of the impedance matrix, this two-port network can be trans-
formed to its equivalent T-circuit model, depicted in Figure 6.24b. Using (2.33)
and (2.30), the phase constant and characteristic (or iterative) impedance of the gen-
eralized lattice network of Figure 6.24a are given by®

Zy+Z;
Zy—Z;

Zy=\/Z.Z, (6.14)

Let us now consider that the element of the series and cross branch is an inductor (Z; =
JwLg) and a capacitor (Z, = —j/wCr), respectively (Fig. 6.25a). Evaluation of (6.13)
and (6.14) gives

cos(pl) = (6.13)

_ 1—LRCRa)2
COS(ﬂl) = m (615)
L
Z=\/2 (6.16)

7 Lattice networks have been used as phase equalizers, where the relative phase between the input and the
output port varies with frequency, whereas the attenuation is constant at all frequencies. These structures
have been also designated as all-pass lattice filters, and were already pointed out in 1923 by O. J. Zobel [44].
8 Notice that (6.13) and (6.14) have been derived by identifying (Z, — Z)/2, that is, the shunt impedance of
the equivalent T-circuit model of the generalized lattice network, with Z, in expressions (2.30) and (2.33).
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with L= Lg and C = Cy in (6.16). Inspection of (6.15) and (6.16) reveals that the net-
work of Figure 6.25a is an all-pass structure (the characteristic impedance is real and
frequency independent, like the one of an ordinary transmission line), and that wave
propagation is forward from DC up to unlimited frequencies (the dispersion diagram
is also depicted in Fig. 6.25a). If the inductor and capacitor are interchanged
(Fig. 6.25b), the characteristic impedance is also constant and given by (6.16), with
L=1L; and C=Cp, whereas the phase constant is found to be

1 —LL CL0)2

- 6.17
1+LLCLCU2 ( )

cos(fl) =

and wave propagation is backward in the whole EM spectrum (see the dispersion dia-
gram depicted in Fig. 6.25b). If the phase shift is small enough, the networks of
Figure 6.25a and b mimic a conventional line and a purely left-handed (PLH) line,
respectively.

By adequately choosing the reactive elements of the series and cross arms of the
X-network, all-pass CRLH structures of arbitrary order can be obtained [43]. For
instance, Figure 6.25¢ and d show the lattice networks corresponding to order-2
all-pass CRLH and dual-CRLH lines, respectively. To obtain all-pass structures, it
is necessary that the zeros and poles of the reactance of the series branch coincide with
the zeros and poles of the susceptance of the cross branch (see Appendix I). For the
specific case of order-2 lattice networks, the condition is similar to the balance con-
dition for T- or n-type CRLH transmission lines:

—
—_

W= = =wp=w, (6.18)

where L; C; and L, C,, are the reactive elements of the series branch and cross branch,
respectively, and o, is the transition frequency. For the network of Figure 6.25c,
expression (6.13), subjected to (6.18), rewrites as follows:

W\
I—LSCpa)2 (1 _co(2)>

cos(pl) = 55 (6.19)
1+ LCyw? | 1-22
+LCoow? | 1- =
whereas the dispersion relation for the network of Figure 6.25d is
2\2
1-L,C? <1—w—g>
cos(pl)=— @ (6.20)

2\2
I +chsw2(1 —“’—2>

w
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FIGURE 6.26 CRLH artificial transmission line unit cell consisting of two cascaded order-1
X-type RH and LH cells (a), and dispersion diagram (b). Elements are C; = Cg = 1.061 pF and
Ly, =Lg=2.652nH (i.e., f, = wo/2n =3 GHz).

The dispersion curves are also depicted in Figure 6.25¢ and d. In both cases, the
characteristic impedance is given by (6.16), with L=L, and C=C,,.

From a practical viewpoint, the physical implementation of the order-2 lattice
networks of Figure 6.25c and d is not straightforward. An alternative to implement
all-pass order-2 CRLH lines is to combine PLH and PRH X-type cells, as depicted
in Figure 6.26a. In this case, the following condition must be satisfied:

= /L.
— =, /==7Z 6.21
Ver Vel =™7® (6.21)

which gives the characteristic impedance of the whole all-pass network. The transition
frequency is given by that frequency satisfying:

1 —LRCRCU?) 1 —LLCLCOg
arccos <1+LRC;RCUg —|arccos| — m =0 (622)
namely:
1 1
o = = (6.23)
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In particular, if LgCgr =Ly Cy (which, according to 6.21, means that Lg =L; and
Cr = (L), the transition frequency can also be expressed as follows:

1 1
Wog=—F———==

VIRCr L CL

corresponding to the frequency where the PLH cell and the PRH cell experience a
phase shift of fl=-90° and pl=+90°, respectively (thus providing an overall phase
shift of pI=0°). Figure 6.26b shows the dispersion diagram corresponding to the
structure of Figure 6.26a for the indicated element values.

It is worth mentioning that, despite that the networks of Figures 6.25¢ and 6.26a
exhibit similar dispersion curves, there is not an element transformation that makes
them equivalent. Notice that the dispersion relation (with the frequency variable in
the x-axis) for the structure of Figure 6.26a is a concave function at all frequencies.
However, for the order-2 CRLH X-type cell of Figure 6.25c, the dispersion relation is
convex for frequencies below @, and concave above that frequency (i.e., there is an
inflexion point at w,). Although the synthesis of a cascaded order-1 LH and RH
X-type cells is simpler than an order-2 CRLH lattice network, the former structure
may present certain limitations due to the curvature of its dispersion relation. For
instance, it is not possible to implement dual-band components based on dual-band
(£90°) impedance inverters implemented with single-unit cells (like the one depicted
in Fig. 6.26a) with a ratio of operating frequencies smaller than 3.

The synthesis of all-pass CRLH artificial lines can be further simplified by cascad-
ing an X-type LH unit cell with a transmission line section with identical characteristic
impedance, as depicted in Figure 6.27a, or with a pair of transmission lines sections (at
the input and output ports of the LH X-type cell). A typical dispersion curve for the
structure of Figure 6.27a is depicted in Figure 6.27b. In this case, due to the presence
of a distributed element, the phase of the structure grows indefinitely.”

(6.24)

6.4.1.2 Synthesis of Lattice Network Artificial Transmission Lines X-type net-
works are balanced'? structures with cross branches. Therefore, as mentioned earlier,
their synthesis is not simple. CRLH artificial lines were implemented by Bongard
et al. [45—47] by combining LH X-type cells and transmission line sections (the sche-
matic is depicted in Fig. 6.28a). The structure reported in Ref. [47] utilizes paired
strips technology (see Fig. 1.2) with two additional metal levels to implement the
series capacitances of the LH X-type cells, and via holes to implement the cross induc-
tances. The structure is shown in Figure 6.28b, and the S-parameters and phase of S,
are depicted in Figure 6.28c and d, respectively, in the range 2 GHz-9 GHz.

° Although the dispersion curves of the structures depicted in Figures 6.25 and 6.26 are limited to %, in
practical structures the presence of a parasitic transmission line (and other parasitic effects) cannot be
avoided. Therefore, deviations of the dispersion diagram (with regard to the theoretical one) at high frequen-
cies are expected.

1% Notice that the term “balanced” is used here as synonymous of “differential.” Do not confuse with the
term “balanced” applied to CRLH lines with continuous transition between the LH and the RH band.
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FIGURE 6.27 CRLH artificial transmission line unit cell consisting of an order-1 X-type LH
cell cascaded to an ordinary transmission line section with phase constant k and characteristic
impedance Z, (a), and dispersion diagram (b).

The structure was designed to exhibit a transition frequency at f, = 6 GHz, and it can
be appreciated from Figure 6.28 that it can be considered all-pass, at least in a very
wide region in the vicinity of f,.

Using the unit cell structure of Figure 6.28a, a broad-band (matched from DC to
millimeter waves) silicon-integrated CRLH transmission line using a monolayer CPW
host line was proposed [48] (see Fig. 6.29). The measurements carried out in Ref. [48]
demonstrate a balanced CRLH behavior from 5 GHz up to 35 GHz, with a transition
frequency at f, =20 GHz. The interesting aspect of the structure of Figure 6.29 is that
it is implemented using a single-metal layer. Since the series capacitances must be
implemented in both conductors of the transmission line, the ground conductors of
the host CPW must be of finite width. The required capacitances were realized by
interdigital capacitors; whereas for the implementation of the crossed inductors, the
solution proposed in Ref. [48] was to implement each of the inductances in a different
slot of the CPW. Since the resulting structure is strongly asymmetrical, the excitation
of the odd parasitic mode was prevented by the use of the bridges shown in dark gray
in Figure 6.29. Thus, the structure indeed uses two metal levels. Other X-type LH, RH,
and CRLH planar structures implemented by using two metal levels are reported in
Ref. [49].

At this point, it is worth mentioning that from the equivalence between terminated
coupled line sections and lattice networks [50], another approach for the physical
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FIGURE 6.28 Schematic (unit cell) (a), structure (b), S-parameters (c) and phase of S,
(d) corresponding to a wideband CRLH transmission line implemented by means of X-type
LH cells combined with transmission line sections. Reprinted with permission from Ref.
[47]; copyright 2009 IEEE.
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FIGURE 6.29 Structure of the CRLH artificial transmission line based on a host CPW and
X-type LH cells reported in Ref. [48]. Reprinted with permission from Ref. [48]; copyright
2011 IEEE.

implementation of lattice network-based artificial CRLH lines was presented in
Ref. [43]. The unit cell is based on the coupled-microstrip Schiffman section [51],
which is an easily implementable structure that does not require the use of via-holes
or air bridges, as opposed to the cells presented in Refs. [45-49]. Indeed, coupled-
line sections were earlier used in Refs [52, 53] to obtain CRLH transmission lines,
but with limited performance due to the different even- and odd-mode phase velocities
of the coupled lines. This issue was satisfactorily solved in [43]. Thus, terminated
coupled line sections offer a simple approach for the implementation of lattice
network CRLH transmission lines. Obviously, this is a fully distributed approach that
inherently increases line size as compared to lattice network CRLH lines based on
lumped or semilumped (planar) elements. The author recommends Refs [43, 50, 52,
53] to those readers interested on multiband CRLH lines based on coupled line sections.

6.4.1.3 The Bridged-T Topology Aninteresting topology to achieve all-pass CRLH
structures yet preserving the single-ended nature of the unit cell is the bridged-T
(Fig. 6.30a). The equivalent T-circuit model of the bridged-T is depicted in Figure 6.30b.
From it, the dispersion relation and characteristic impedance are found to be

() 2070+ 073+ 20 23+ 7} (6.25)
COS = .
22\ 2o+ 2r 23+ Z}
1
Zp = \/Z2ZZ+4ZZZZ +27,72,72 +2737 6.26
8= 0747, VAL AL LT+ 2025+ 22125 (6.26)
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FIGURE 6.30 Unit cell of the bridged-T network (a) and equivalent T-circuit model (b).

Depending on the specific impedances of the bridged-T network, the previous equa-
tions may lead to cumbersome expressions. However, notice that if the impedances
satisfy

Zy =47, (6.27)
The dispersion relation and the characteristic impedance simplify to

2
27, 7,
I+ —=——+_—
Zi 27,

Zs =222, (6.29)

and the structure is all-pass provided the zeros and poles of Z; and Y, coincide (see
Appendix I).

As an example, let us consider Z; = 1/Cwj, Z, = Lwj and Z5 = 4Z,. With these impe-
dances, the dispersion relation is

cos(fl)=1+ (6.28)

cos(fl) =1 + 2 (6.30)

1-2LCw?-

2LCw?

This bridged-T network and the corresponding dispersion are depicted in Figure 6.31.
The structure is all-pass and it exhibits forward wave propagation for frequencies
below w, = (2LC)""* and backward wave propagation above that frequency. Notice
that if the signs of the reactances of Z; and Z, are interchanged and Z; = 2Lwj and Z, =
1/2Cwj, the dispersion relation is also given by (6.30).

Higher-order (quad-band) all-pass bridged-T networks have been demonstrated
and implemented by Ryan et al. [54] in microstrip technology. The reported structure
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FIGURE 6.31 Bridged-T network with Z; = 1/Cwj and Z, = Z3/4 = Lwj (a), and dispersion
diagram (b).

exhibits a very wide bandwidth of 1-8 GHz, thus confirming the potential of
these single-ended structures for the realization of all-pass networks with CRLH
characteristics.

6.4.2 Transmission Lines Based on Non-Foster Elements

In Chapter 3, it was shown that passive media with negative permeability and/or per-
mittivity are intrinsically dispersive.'' This means that it is not possible to synthesize
single negative (SNG) or LH passive media exhibiting a constant (i.e., frequency
independent) permeability and/or permittivity (it is well known that SNG and LH
media are either described by the Drude or Lorentz models). In metamaterial trans-
mission lines that can be modeled by an equivalent T- or n-circuit wave propagation
is analogous to plane wave propagation in isotropic and homogeneous dielectrics
(see the mapping Eqs.3.45 and 3.46 leading to an effective permittivity and permea-
bility). Therefore, metamaterial transmission lines exhibiting backward wave
propagation (including CRLH lines) must be also dispersive and hence bandwidth
limited.'

In the previous subsection, it was shown that bandwidth can be enhanced by
using lattice networks, which do not have an analogous to passive isotropic and
homogeneous dielectrics. Another potential approach for bandwidth enhancement
by minimizing dispersion is to use active components, or, more precisely, non-Foster
elements. Non-Foster elements are reactive elements that do not obey the Foster reac-
tance theorem [55]."* Thus, the conditions dy/dw >0 and dB/dw >0 (y and B being
reactance and susceptance, respectively) do not necessarily hold in such elements.

' Actually, passive plasma-like materials exhibiting positive permittivity and/or permeability satisfying
0<e<e, and/or 0 < p <p, are also intrinsically dispersive (otherwise, expression (3.10) gives a density
of energy smaller than the density of energy stored in vacuum). Such materials are usually designated
as epsilon-near-zero (ENZ) and mu-near-zero (MNZ) metamaterials.

12 Indeed bandwidth is also limited by the periodicity.

'3 The Foster theorem states that the reactance and susceptance of a passive, lossless two-terminal (one-port)
network always monotonically increases with frequency.
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This means that if a transmission line is implemented by means of non-Foster
elements in the series and shunt branches, the effective permittivity and/or permeabil-
ity of the line do not necessarily satisfy the conditions (3.12). Therefore, the design of
dispersionless metamaterial transmission lines or artificial lines with engineered
properties and small dispersion is potentially possible.

Negative inductances and capacitances are examples of non-Foster elements that
can be implemented by means of negative impedance converters (NICs), that is, active
electronic circuits [56].'* In structures comprising such active components, the
requirement of positive energy density (expression 3.11) no longer holds, and this
leads also to violation of conditions (3.12). However, non-Foster elements may suffer
from instability problems [57, 58]. For instance, let us consider a hypothetical trans-
mission line consisting of a ladder network of series negative inductors and shunt neg-
ative capacitors. The effective permeability and permittivity of this line are simply
given by (3.47) and (3.48). However, notice that the negative sign of the capacitance
and inductance gives negative and constant values of the effective permittivity and
permeability. In this structure, dispersion is only limited by periodicity (as occurs
in the ladder network of a conventional transmission line). Indeed, the dispersion
of this structure (derived from 2.33) is undistinguishable from the dispersion that
results by considering positive element values. This result means that the phase
and group velocities have the same sign in this line, which is in contradiction with
LH wave propagation expected in structures with negative effective permittivity
and permeability. This apparent contradiction is solved if one takes into account that
such structure is unstable (under ordinary assumptions that both generator internal
resistance and load resistance are positive), as it should occur in hypothetical materials
with nondispersive negative parameters [57]. Notice also that, according to (3.6)—(3.9),
stable backward wave propagation in LH media is guaranteed if the imaginary part of
the effective permeability and permittivity are both negative (passive media), but these
conditions are not necessarily satisfied in artificial materials with active inclusions.

According to the previous paragraph, instabilities might represent a limitation in
non-Foster-based structures.'” To the author knowledge, significant bandwidth
enhancement in LH or CRLH lines by using non-Foster elements has not been exper-
imentally demonstrated so far (nevertheless, theoretical and numerical investigations
seem to confirm that broadband double-negative structures made of active inclusions
are possible [59, 60]). However, very broadband ENZ transmission lines based on
negative capacitances, exhibiting measured superluminal phase and group velocities
over a broad band, have been reported [61, 62]. The principle for the implementation
of such lines is simple: it consists of periodically loading a host transmission line with
negative capacitors. The result is a fast-wave transmission line, as opposite to the

14 The implementation of negative impedances through NICs is given in many textbooks and is out of the
scope of this book.

'S However, one should refrain from drawing a final conclusion about the feasibility of implementing dis-
persionless non-Foster-based structures, since the stability of transmission lines loaded with both ordinary
“positive” elements and “negative” elements with gain is not well understood, and there are many effects
that have not been studied so far.
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slow-wave transmission lines studied in Chapter 2, that result by loading a host line
with ordinary (positive) capacitors. As reported in Refs [61, 62], as long as the overall
capacitance (i.e., the per-section capacitance of the line plus the negative capacitance)
is positive, the structure is stable. Moreover, the designed and fabricated lines exhibit
superluminal phase and group velocity in a very broad band since they were engineered
to present a nondispersive (i.e., constant) effective permittivity smaller than the permit-
tivity of vacuum (the effective permittivity can be made arbitrarily small by setting the
absolute value of the negative capacitance close to the value of the line capacitance).

As pointed out in Refs. [61, 62], the superluminal group velocity is not related to
the anomalous dispersion (a resonant narrowband phenomenon) that may arise in
lossy media. On the contrary, the superluminal group (and phase) velocity in trans-
mission lines loaded with negative capacitors is present in a very wide band, typically
limited by the impossibility to generate the negative capacitance over a wide fre-
quency band of the EM spectrum with practical NICs. However, as discussed in
Ref. [62], and in many other sources, the fact that the group velocity is larger than c,
the speed of light in vacuum, does not violate the theory of relativity and causality, since
the group velocity is not identical to the energy velocity. The meaning of superluminal
group velocity (and negative group velocity) is discussed in several papers (see, e.g.,
[63] and references therein, where this abnormal wave propagation phenomenon is
reported). In brief, superluminal propagation means that the envelope of the wave-
packet travels faster than c. However, this does not imply superluminal transmission
of information, since under no circumstances the “front” velocity exceeds the speed
of light in vacuum'® (see Refs [61, 62] for further details).

To illustrate the potential of non-Foster elements for the implementation of broad-
band ENZ transmission lines, Figure 6.32 depicts the structure reported in Ref. [61],
where a host line was loaded with three negative capacitors. The measured phase and
group velocities, also depicted in Figure 6.32, indicate that superluminal propagation
(with roughly frequency-independent phase and group velocity) is achieved in a very
broad band (1:20). This means that the effective permittivity (real part) is nondisper-
sive and smaller than the permittivity of vacuum in that band. Despite that the ENZ
transmission line depicted in Figure 6.32 exhibits superluminal propagation at rela-
tively small frequencies, the latest non-Foster ENZ transmission lines with superlu-
minal phase and group velocities developed in the Group of Prof. Hrabar to date
span the bandwidth 1IMHz-400MHz (i.e., more than seven octaves) [64].

6.5 SUBSTRATE-INTEGRATED WAVEGUIDES AND THEIR
APPLICATION TO METAMATERIAL TRANSMISSION LINES

Substrate-integrated waveguides (SIWs) are planar structures able to guide EM waves
in a similar fashion to rectangular waveguides. In SIWs, the lateral metallic walls
of the rectangular waveguides are replaced with a periodic array of metallic vias

'® The carrying information “front” arises as long as any physically realizable signal is time limited; namely,
any generated EM signal must have a beginning in time (i.e., a “front”).
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FIGURE 6.32 Experimental realization of an ENZ transmission line operative in the
2-40 GHz frequency range (a) and measured phase (dashed line) and group (solid line)
velocities (b). The negative capacitances (=60 pF) were implemented through NICs based on
the ultra-high-speed operational amplifier ADS8099. The host transmission line was designed
to exhibit a characteristic impedance of 31.5 Q, corresponding to a distributed capacitance
of 106 pF/m. These values were chosen to achieve a distributed capacitance of 45 pF/m in
the loaded line, corresponding to an equivalent dielectric constant of 0.3 and to a 50Q
characteristic impedance. Reprinted with permission from Ref. [61]; copyright 2011 AIP.

(see Fig. 6.33). Hence, the fabrication of SIWs is fully compatible with planar tech-
nology, and the advantages of such technology (mainly low cost and easy integration)
are combined with the well-known advantages of conventional rectangular wave-
guides, namely, high-Q factor and high power capacity [65-67]. Thus, SIWs are
promising candidates for a new generation of low-cost PCB interconnects for ultra
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FIGURE 6.33 Sketch of a SIW and its fundamental physical parameters. Reprinted with
permission from Ref. [66]; copyright 2005 IEEE.

high-speed digital applications, and can also be used as building blocks for the imple-
mentation of microwave circuits (among them, those based on metamaterial concepts
will be the ones considered in this section).

Essentially, SIWs emulate dielectric-filled rectangular waveguides whose lateral
metallic walls are formed through rows of vias sufficiently close to each other. How-
ever, due to the absence of metal between adjacent vias, only TE,, modes are sup-
ported by SIWs'” [66]. Indeed, the dispersion characteristics for these modes are
the same as those of its equivalent rectangular waveguide [66]. Design formulas
for the SIW, including the width, W (essential to control the cutoff frequency of
the dominant TE |, mode), as well as limiting values of via diameter, d, and separation,
s (important to avoid radiation losses), can be found in Refs [66—68] and are summar-
ized in the following:

W=0.5 {a+ \/(a+0.54d)2—0.4d2 +0.27d (6.31)
de— 20 (6.32)

5vn?2-1
s<2d (6.33)

where a is the effective width of the SIW, related to the cutoff frequency of the TE
mode by:
c

a=—— 6.34
2fclO Er ( )

17 Since TM modes impose longitudinal surface currents on the lateral walls of a rectangular waveguide, and
considering that only vertical surface currents can flow in the SIW through the vertical metallic vias, such
TM modes are not supported by SIWs. By the same reason, TE,,, with m not being equal to zero modes
cannot be supported. Thus, only the TE,, modes can be preserved in SIWs.
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c and ¢, being the speed of light in free space and the substrate dielectric constant,
respectively. In (6.32), n is the order of the first higher-order mode propagating along
the SIW, which in turn determines the bandwidth of the fundamental TE,, mode.'®
The previous formulas (6.31-6.34) are useful for design purposes, although they
are empirical, and post optimization is typically required for both the SIW structure
and the microstrip transitions, in order to satisfy design requirements (cutoff fre-
quency, bandwidth, insertion and return losses, etc.) [68, 69].

There are many available papers that demonstrate the potential of SIWs for high-
speed interconnects and planar microwave circuit design (some former examples of
applications can be found in Ref. [70] and references therein). Indeed, SIWs can be
considered to be a type of artificial transmission lines in the sense that their structure
and functionality/performance are different than those of conventional lines. How-
ever, microwave circuit design using SIW technology is very similar to the design
of waveguide-based circuits, and this is out of the scope of this book. Nonetheless,
it has been demonstrated that by introducing further elements to SIWs, it is possible
to implement artificial lines with functionalities similar to those of metamaterial trans-
mission lines [71]. In particular, it is possible to implement CRLH lines and many
circuits based on them, as well as planar filters/diplexers based on SIWs loaded with
electrically small resonant elements (i.e., CSRRs). In the next subsections, these appli-
cations are briefly reviewed.

6.5.1 SIWs with Metamaterial Loading and Applications
to Filters and Diplexers

Rectangular waveguides loaded with SRRs tuned below the cutoff frequency of the
dominant TE mode and oriented perpendicularly to the magnetic field exhibit an LH
pass band below that frequency [72]. Unfortunately, this configuration cannot be
implemented in planar form by means of SIW technology due to the vertical orien-
tation of the SRRs. Rectangular waveguides with CSRRs (and other complementary
resonators) etched in the horizontal walls were used in Ref. [22] in order to experi-
mentally obtain the resonance frequencies of such particles from the resulting notches
in the transmission coefficient. In these experiments, the resonant elements were
designed to exhibit the fundamental resonance frequency above the cutoff frequency
of the waveguide. If an array of CSRRs is etched in the waveguide, it is expected that
the structure exhibits a stopband behavior. Such stopband can be interpreted as due to
the negative effective permittivity of the CSRRs (oriented perpendicular to the electric
field). One advantage of CSRR-loaded rectangular waveguides (over SRR-loaded
waveguides) is that the single vertically oriented metallic surfaces are the lateral walls
of the waveguide. Therefore, it is apparent that by replacing such walls with
metallic vias, CSRR-loaded SIWs exhibiting a stopband above cutoff will result.
In CSRR-loaded microstrip lines, a similar stopband behavior is obtained.

'® The microstrip transition plays an important role in determining the first higher-order mode propagating
along the SIW (see Refs [68, 69] for further details), but this aspect is out of the scope of this book.
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In order to switch the response to a pass band, series gaps are introduced in the strip
of the microstrip line, and wave propagation in the first resulting pass band is back-
ward. However, there is an alternative to obtain a pass band in CSRR-loaded micro-
strip lines, that is, to load the line with shunt inductive elements [73]. In this case,
wave propagation is forward and occurs in the frequency region where the reactance
of the shunt branch of the unit cell is capacitive (in such band, the CSRR array exhibits
a positive permittivity that compensates the negative permittivity of the inductive
elements).

In SIW technology, we can take advantage of the inherent negative permittivity
below cutoff for the TE |y mode (like in conventional rectangular waveguides). Thus,
by tuning the resonance frequency of the CSRR below cutoff, a band pass behavior
(with forward wave propagation) is expected. This has been corroborated and applied
to the design of filters and diplexers in SIW technology [71, 74-76]. These filters are
small as long as CSRR are electrically small resonators. As compared to CSRR-based
filters in microstrip technology, the back substrate side is kept unaltered in these
CSRR-loaded SIW filters. As an illustrative example, Figure 6.34 reports an order-
3 bandpass filter first published in Ref. [74] (where the design methodology is
explained in detail) and then included in the review paper [71]. An alternative approach
considers the implementation of SIW filters by etching pairs of single loop CSRRs at
both sides of the SIW (one on top of the other and rotated 180°) in a configuration that
was designated as broadside coupled CSRR (BC-CSRR) by the authors [77].

6.5.2 CRLH Lines Implemented in SIW Technology and Applications

Let us now consider that the SIW is loaded with a transverse meandered slot on the top
metallic surface, as depicted in Figure 6.35a [78, 79]. Such slot acts like a series capac-
itor. Since the SIW below cutoff behaves as a negative effective permittivity medium,
and this behavior can be modeled by a shunt inductance, it follows that the circuit
model of the unit cell of a slot-loaded SIW is the canonical CRLH transmission line
model of Figure 3.20. Thus, backward and forward transmission bands are expected in
slot-loaded SIWs, and wave propagation below cutoff is possible by properly tailoring
the geometry. Obviously, by optimizing the structure, it is also possible to implement
balanced CRLH lines.

Size reduction in SIWs can be achieved by simply cutting the structure by the lon-
gitudinal symmetry plane. The resulting structure is the so-called half-mode SIW
(HM-SIW) [80, 81]. The field distribution in a HM-SIW for the dominant mode is
very similar to that present in one of the halves of a conventional SIW. The reason
is that the symmetric plane along the transmission direction is equivalent to a magnetic
wall. Hence, half of the SIW will keep exactly the half field distribution unchanged if
the cutting plane is a perfect magnetic wall. Actually, the open side aperture of the
HM-SIW is nearly equivalent to a perfect magnetic wall due to the high ratio of width
to height in the SIW. Thus, we can take benefit of this fact and implement SIWs with
significantly reduced transverse dimensions, yet keeping the main properties of the
original structure. The HM-SIW concept can also be applied to the implementation
of CRLH structures based on transverse meandered slots. The typical unit cell of
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FIGURE 6.34 Photograph (a) and frequency response (b) of a CSRR-loaded SIW designed to
exhibit bandpass filter functionality. Reprinted with permission from Ref. [74]; copyright

2009 IEEE.

a CRLH HM-SIW transmission line is depicted in Figure 6.35b and c depicts a three-

stage structure, including microstrip transitions [78].

In Ref. [78], it was demonstrated through simulation and experiment that CRLH
SIW and their equivalent CRLH HM-SIW transmission lines roughly exhibit the same
characteristics. Figure 6.36 depicts the dispersion diagrams and the frequency
responses for the structure of Figure 6.35c by considering an unbalanced and a bal-
anced case. As anticipated, the structures exhibit a CRLH behavior with a continuous
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FIGURE 6.35 Structure (unit cell) of a slot-loaded CRLH SIW (a), slot-loaded CRLH HM-
SIW (b), and three-stage CRLH HM-SIW transmission line (c). Reprinted with permission from
[78]; copyright 2009 IEEE.

transition between the LH and the RH band for the balanced case. The transmission
coefficient of the SIW structure (without slot), also depicted in the figure, indicates
that transmission below cutoff arises by introducing the slots.

CRLH SIW and CRLH HM-SIW transmission lines have been applied to the design
of several microwave components, including couplers [78, 82], leaky wave antennas
(LWAS) [79, 83], slot antennas [84], and so on. As an illustrative example, Figure 6.37
depicts a dual-band rat-race coupler based on CRLH HM-SIW lines [82], where the
dual-band functionality is achieved thanks to the controllability of the dispersion dia-
gram, as discussed in Subsection 4.2.2. The complete characterization of the device
requires too many curves so that we include in Figure 6.37 the return loss, coupling,
isolation, and phase balance by considering only the A port as the input port (the com-
plete characterization and design process can be found in Ref. [82]). This approach is
fully planar and does not require etching the back metallic side of the substrate.

Higher-order CRLH transmission lines implemented in SIW technology can also
be implemented. In particular, order-4 CRLH SIW lines have been reported and
applied to the design of quad-band splitters [85], dual-band filters [86], and dual-band
LWAs [87]. Such lines were designated as extended CRLH (E-CRLH) SIW transmis-
sion lines in Refs [85-87]. A typical topology and equivalent circuit model of the
proposed E-CRLH SIW transmission line unit cell is shown in Figure 6.38. The equiv-
alent circuit is the canonical T-circuit of the E-CRLH transmission line basic cell with
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FIGURE 6.36 Dispersion diagram (a) and response (b) of the CRLH SIW unit cells.
Balanced case: wy; =0.35 mm, w, =0.33 mm, w3 =15mm, n=19, p=12.5 mm, and / =4.6 mm.
Unbalanced case: wy = 0.35 mm, w, =0.2 mm, w3 =15 mm, n=19, p=12.5 mm, and /=4.8 mm.
The considered substrate is the Rogers 5880 with thickness 7 =0.508 mm and a relative
permittivity e.=2.2. All the metallic via holes have a diameter of 0.8 mm and a center-
to-center spacing of 1.45mm. Reprinted with permission from Ref. [78]; copyright
2009 IEEE.
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FIGURE 6.37 Topology of the CRLH HM-SIW transmission line-based dual-band rat race
coupler and detail of the unit cell (a), frequency response for the A port (b), and phase balance
for the A port (c). The considered substrate is the Rogers 5880 with a thickness /2 = 0.508 mm
and a relative permittivity £, =2.2. All the metallic via holes have a diameter of 0.8 mm and a
center-to-center spacing of 1.45 mm. w; = 0.3 mm, w, =0.21 mm, w3 = 6.55 mm, #; = 3.783 mm,
t, =7.04 mm, 6; =60°, and 9, =19.6°. Reprinted with permission from Ref. [82]; copyright
2010 IEEE.



450 OTHER ADVANCED TRANSMISSION LINES

(@
1 2 3 2 1
A
L N N N : LR NN N J w
[ ]
a
In e «—> bi—o Out
@
[ ]
[LE R R N N B 3 XX N J
£ L } v
(b)
2th 2th
|_NW\_| Ly/2 2Chs  Lpd2  2Cy |_/W~m_|
Cz L2 va ES Cvp Cz L2 Cl Ll

FIGURE 6.38 Topology (a) and circuit model (b) of the SIW based E-CRLH transmission
line. The top metal is indicated in gray, whereas the vias are indicated in black. Dimensions are
a=5.66mm, b=3.34mm, W=2834mm, and L=15.1 mm. All the interdigital capacitors
have a separation between fingers (gap) of 0.12 mm. The fingers width (w;) and length ([;)
of the interdigital capacitors are for the series capacitors (from left to right): wy =0.24 mm,
[, =1.52mm and w, =0.285 mm, [, =1.02 mm; for the shunt branch, w3 =0.25 mm, and /3
=5.72 mm. The vertical slot has a width of 0.41 mm and length of 11.04 mm. The vias have
a radius of 0.4 mm and a center-to-center distance between vias of 1.4 mm. Reprinted with
permission from Ref. [85]; copyright 2012 EuMA.

additional shunt elements (L, C;, L, C,) to account for the distributed behavior of the
SIW host line. The shunt capacitance and inductance L., — Cy,, are mainly determined
by the SIW host line width W and substrate thickness /. The series resonator Ly, — Cyg
models the etched series interdigital capacitors (labeled 2 in Fig. 6.38a). These ele-
ment values can be controlled through the width and length of the fingers. By facing
the same resonator to the grounded vias, the shunt L,s— C,s series resonator is
obtained (labeled 3). Moreover, considering this latter resonator the values L., -
C,p, can be further controlled by the vertical vias and length a. If the same series res-
onator with a central inductive path is added (controlled through the width b), a shunt
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with permission from Ref. [85]; copyright 2012 EuMA.
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dual-band E-CRLH SIW LWA reported in Ref. [87]. Top numbers indicate the subindex



SUBSTRATE-INTEGRATED WAVEGUIDES AND THEIR APPLICATION 453

resonator in the series branch is obtained, corresponding to the Ly, — Cy, resonator
(labeled 1 in Fig. 6.38a). Finally, if increasing the series inductance Ly is required,
additional slots adjacent to the series resonators can be etched (see Fig. 6.38a). This
topology has a similar phenomenology as the canonical E-CRLH unit cell implemen-
ted in microstrip or CPW technology.

The topology of Figure 6.38 indeed corresponds to a designed quad-band 35.35 Q
impedance inverter, which was in turn used to implement a quad-band power splitter
operative at 3.75 GHz, 4.46 GHz, 5.15 GHz and 5.9 GHz [85]. The fabricated device
(implemented in the Rogers 5880 substrate with dielectric constant &, = 2.2, thickness
h=127mm, and loss tangent tané=0.001) and its measured characteristics are
depicted in Figure 6.39 [85] (device dimensions are given in the caption of Fig. 6.38).
The design process and performance of this device are similar to those corresponding
to quad-band inverters and dividers implemented by means of E-CRLH microstrip or
CPW transmission lines. However, let us insist on the fact that the backside metal is
not used for design purposes in the device of Figure 6.39.

The last example to illustrate the potential of E-=CRLH SIW lines is a dual-band
LWA, where continuous beam scanning with frequency from backward to forward
leaky wave radiation is achieved in two predefined bands [87] (such CRLH dual-band
LWAs were formerly proposed in microstrip technology [88])."® Figure 6.40 shows
the photograph of the fabricated antenna, where the unit cell (also included) is
similar to that depicted in Figure 6.38a, but described by the canonical L-type
E-CRLH circuit model (except by the presence of the parasitics). The normalized
radiation patterns, gains, and scan angles for different frequencies at both bands
are also included in the figure (see Ref. [87] for further details on the design of this
dual-band antenna).

In summary, the combination of SIW technology and metamaterial concepts is a
powerful approach for the implementation of planar microwave components with
novel functionalities, small size, low cost, low loss, and backside isolation.

FIGURE 6.40 (Continued) for the dimensions of each interdigital capacitor. Dimensions
are a=5.83mm, b=2.14mm, W=28.34mm, and L=17.2mm. The fingers width (w;),
length (/;) and separation between fingers (gap g;) of the interdigital capacitors are: for the
shunt branch: w; =0.25 mm, g; =0.28 mm, /; = 6 mm; for the series capacitors (from left to
right): wy=wy=045mm, L =1I,=1.94mm, g,=g,=0.26 mm, w3 =0.35mm, /3=2.3mm
and g3 =0.28 mm; The vertical slot has a width of 0.5 mm and length of 10.49 mm. The
vias have a radius of 0.4 mm and a horizontal and vertical center-to-center distance between
vias of 1.72 mm and 1.84 mm, respectively. The considered substrate is the Rogers RT/duroid
5880LZ with permittivity &, =1.96 and thickness 4 =1.27 mm. Reprinted with permission
from Ref. [87]; copyright 2013 IEEE.

19T achieve a continuous scan from backward to forward radiation at both bands, the E-CRLH SIW line
must be balanced, that is, it must exhibit a continuous transition between the first LH band and the first RH
band, and also a continuous transition between the second LH band and the second RH band.
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